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Abstract

We present the design and implementation of an adaptable FPGA-based sensor evaluation platform. This platform is developed
to benchmark a capacitive position sensor for a resonant micromirror system. The sensor is developed in a smart packaging solution
as multilayer inkjet-printed electrode structure on a 3D-printed metal housing. Very high required resolutions of respos < 50 nm
together with a wide measurement range of rm = 1000µm at an offset of d0 = 1000µm motivate the development of such a
platform. Still, it is fully adaptable to other sensing principles (e.g. inductive). The suggested platform provides high sampling
rates (up to ≈ 10 ns) and enables generation of trigger signals, i.e. the mirror control signal, without time lag (as could result
from high order filters). The online configurable FPGA block structure in combination with host software blocks enables flexible
and individual design. The sensor read-out circuitry is designed as carrier frequency system. Such a carrier frequency system
enables flexible choices of bandwidth and measurement signal frequency. It thus allows for separation in frequency from coupling
parasitics, i.e. other frequencies present in the device under test (e.g. actuation frequency in case of the micromirror system).

Index Terms

Capacitive sensors; Nanopositioning; Analog circuits; Digital signal processing; Sensor systems and applications; Demodula-
tion.

I. INTRODUCTION

Often, the high requirements to measurement equipment lead to sophisticated customized solutions. These solutions are
seldom generic enough to be applicable to others than the systems they were designed for. With the proposed measurement
platform, we provide a highly sophisticated equipment in terms of bandwidth and resolution. Additionally, this platform is still
flexible to be used in various system configurations and sensing applications.

The target application in this work is an inkjet-printed capacitive position sensor for a micro-optical device (or Micro Electro
Mechanical System (MEMS)). Such micro-optical devices have been subject to increased interest over the last decade, and
are nowadays employed in various fields. Applications range from Fourier Transform InfraRed (FTIR) spectroscopy [1] and
multimedia devices [2], [3] to light barriers [4]. Previously, optical arrangements such as spectrometer devices, beamers, and
others, used to consume a considerable amount of space. MEMS now offer the possibility to integrate complex setups into
mobile applications. Advanced MEMS products are also appropriate to be used in lab-on-chip systems for space missions or
Unmanned Aerial Vehicle (UAV)-based analyses.

The considered mirrors (Fig.1) are electrostatically driven at their mechanical resonance frequency, and are perfectly suitable
for an application in FTIR spectrometers. In such a system, these devices are subject to concise demands regarding their
performance: it is necessary to keep the measurement time low and provide a sufficient Signal to Noise Ratio (SNR). Thus,
fast and accurate tracking of the mirror position is required.

Comparisons of interferometric and capacitive measurements on MEMS [5] have demonstrated advantages of optical
measurements for characterization. Adversely, these measurement setups are not suitable for integration into the desired package
outlines [6]. A multilayer, inkjet-printed, capacitive position sensor is considered here to enable further miniaturization.

A considerable amount of literature is available concerning capacitive sensors and their interface electronics: In [7]–[9], the
authors pursue a strategy of directly connecting the capacitance of interest to a microcontroller. Energy-efficiency of capacitance
sensor interfaces is addressed in [10] and [11]. The necessity to provide a fast read-out is also addressed (e.g. [12]–[14]).
Capacitive sensing itself has been shown to be suitable for nanometer position resolution (e.g. [15]) and is advantageous due to
low costs, and high resolution and bandwidth capabilities [16]. The capacitive sensor is manufactured as flat electrode structure.
It then forms a parallel plate capacitor with the mirror plane, which is a common setup for nanometer applications [17]. The
sensor is thus comparatively simpler to realize and integrate into an existing package. A capacitive sensor, manufactured by



Fig. 1: MEMS mirror in vacuum capable brass package. The mirror is the lighter reflecting surface in the middle. It has a
diameter of dmir = 5 mm. An ion getter (upper right corner) is used to improve the vacuum, and a Pirani sensor (lower left
corner) is employed to determine the vacuum quality.

such a rapid-prototyping technology, further is beneficial, compared to other manufacturing strategies (e.g. [18]–[20]), since
this technology enables individual designs and can be applied to various setups.

In the remaining Subsections of Sec. I, related work and the comparison with other, commercially available products, is
presented in Subsec. I-A. Then, our contribution is outlined in Subsec. I-B. In Sec. II, the mirror (Subsec. II-A) and the sensor
design and integration (Subsec. II-B) are illustrated, followed by the interferometer principle in Subsec. II-C and discussions
on the generations of interferograms in Subsec. II-D. Then, consequences of system deficiencies and measurement inaccuracies
are illustrated for the FTIR system in Subsec. II-E. In Sec. III, capacitive sensing, the respective Finite Element Method (FEM)
simulations and the carrier frequency setup are described. Afterwards, in Sec. IV, details on the analog design and hardware are
presented. In Sec. V, we present a hardware-based noise analysis. Then, the respective sensor model is developed together with
a subsequent determination of the parametric Cramer Rao Lower Bound (CRLB), i.e. the lower bound on the measurement
variance. In Sec. VI, the developed digital signal processing blocks and wiring are illustrated. Then, Sec. VII presents the
obtained measurement results for experimental determination of the hardware noise in the first place and the demodulation
setup in the following. Finally, the conclusion is given in Sec. VIII.

A. Related Work

The read-out of capacitive sensors is commonly done using, e.g., Capacitance to Digital Converters (CDCs). Improvements
on CDCs have been presented in, e.g., [21], [22], and [23]. Commercially available CDCs provide, e.g., respos = 100 nm
equivalent position resolution at an update rate of fs = 90 Hz [24]. Off-the-shelf systems are also available: Among others,
the capaNCDT by µε [25] provides respos = 40 nm and a maximum bandwidth of B = 8.25 kHz. The Microsense 8810
system [26] is capable of providing respos = 5 nm and a maximum rate of B = 1 kHz. The D-510 system provided by
Physical Instruments is only able to cope with a distance offset d0 = 750µm and is thus not fully comparable. The Microsense,
µε and PI Systems are not integrable into the MEMS package outline. Measurement ranges and average sensor distances of
the considered devices are also smaller than required. The aforementioned systems measure capacitance directly. Alternatively,
capacitance measurements can also be performed using a shunt. This concept is used for the system we suggest, as well as in
the HF2 by Zurich Instruments. The HF2 employs lock-in amplifiers to realize the amplification of the sensor signal. Though
the HF2 is comparable in terms of bandwidth, the reported input referred noise figure of (un = 5 nV/

√
Hz) limits the position

resolution to, in our setup, respos = 120 nm. A comparison of available devices (see also [27]) is provided in Fig. 2 with
respective comparison metrics listed in Tab. I: to improve readability, the bandwidth of the target system in the illustration
is lower (B = 60 kHz) than the true specified bandwidth of up to B = 180 MHz. Also for the HF2, the bandwidth in the
illustration (B = 20 kHz) is lower than the true bandwidth of up to B = 50 MHz. Most of the presented systems available
up to now, provide sufficiently low noise by considering small bandwidths. Systems operating at higher bandwidth suffer
from higher measurement noise due to thermal noise power integrated over the considered bandwidth. Additionally, all of the
presented systems lack the possibility to access and adapt the signal processing directly. Thus, the small necessary latency
cannot be reached by any of those hardware platforms.

B. Contribution

To fill the gap in measurement systems, in this work, a high-end measurement platform is developed and characterized
(compare also [30]). The suggested FPGA-based hardware platform [31] enables higher sampling rates through employment
of high-speed ADCs (ADS62P48 by Texas Instruments) and intelligent signal processing. The specifically designed analog
circuitry, as daughterboard to the FPGA (Xilinx Kintex7-410T) system (see Fig.3a), provides ultra-low noise amplification and
conditioning of the input signal. While the system outlines of the presented laboratory prototype are rather huge, the design
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Fig. 2: Graphical comparison of available capacitive position sensing system and the suggested printed position sensor.

TABLE I: Table listing bandwidth and resolution specifications of commercially available capacitive position sensing systems.
The Figure of Merit (FoM) for the considered systems is the achievable spectral distance noise. Please note: the Microsense,
µε and PI Systems are not integrable into the optical MEMS package outline, also measurement ranges and average sensor
distances of these devices are smaller than required.

System respos/nm B/kHz FoM/nm/
√
Hz Provider

AD7746 [24] 100 0.09 10.54 Analog Devices
capaNCDT [25] 40 8.5 0.4339 µε
Microsense 8810 [26] 5 1 5 Microsense
D-510 PISeca [28] 2 10 0.02 Physical Instruments
HF 2 [29] 120 50× 103 0.017 Zurich Instruments
this work 50 180× 103 0.0112

can be brought into an Application-Specific Integrated Circuit (ASIC) and can thus be miniaturized. The carrier frequency
system as input circuitry, enables separation of the measurement- from other system frequencies, as well as a flexible choice
of bandwidth (through, e.g., the choice of sampling frequency). This measurement setup is also suitable to be combined with
other sensor effects (e.g. inductive). The provided underlying FPGA hard- and software-design are realized through individually
adaptable blocks. It is thus possible to integrate customized hardware and software blocks (as shown in the blockdiagram in
Fig. 3b). The final design will hold an Extended Kalman Filter (EKF) and a pulse generation block to control the excitation
and processing of spectra for the micromirror (compare also [32]). The advantage of this structure is its online configuration
ability: usually, FPGA (hardware) design is fixed by programming an image to the Flash memory of the device. The process of
re-programming is rather time consuming since each time, the image has to go through routing, synthesis and implementation
again. In the suggested system, the blocks realized in the FPGA can be parametrized at runtime. Additionally, also the block
topology (connection) is reconfigurable without the necessity to rebuild the image.



(a) FPGA platform to be used with the specifically designed
circuitry as well as the developed hardware design and soft-
ware building blocks. Marked in red is the already attached
daughterboard developed for this work.

(b) Blockdiagram showing the main blocks to be implemented
and synthesized on the FPGA.

Fig. 3: FPGA hardware and target block architecture.

II. SYSTEM BACKGROUND

A. MEMS Mirror

The considered measurement system application is position sensing and control of a MEMS mirror. This mirror is character-
ized with a resonance frequency of fres = 500 Hz achieving smax = 1 mm maximum stroke, or equivalently srel = ±500µm at
a pressure below Pamb = 50 Pa (vacuum). The mirror is suspended symmetrically on four pantographs and has an electrostatic
drive excited by a Pulse Width Modulation (PWM) signal at twice the mirror resonance frequency, i.e. fPWM = 1000 Hz.
The actuation control is designed to guarantee the largest possible mirror stroke. Since this mirror is part of a miniaturized
FTIR, it is necessary to track the mirror movement accurately enough to satisfy the spectrometer resolution requirements, that
is, providing a position resolution of respos ≈ 50 nm. The specifications for this application are gathered in Tab. II.

TABLE II: Table listing specifications for the position measurement of the MEMS mirror.

measurement range resolution bandwidth absolute error
rm/µm respos/nm B/kHz eabs/%

1000 50 20× 103 < 2

B. Sensor Design and Integration

To integrate the sensor with the MEMS mirror, a functional 3D-printed copper housing (CAD design in Fig. 4a and 3D-
printed copper housing as substrate for the inkjet-printed electrode in Fig. 4b) is developed. Functional because the copper
housing is conductive and can thus be used as shielding which is necessary below the capacitive sensing electrode (dark circle
and conductor path in Fig. 4b). The trench at the outside of the housing provides space for an O-ring to preserve the vacuum
capabilities of the device. The housing and sensor can then be superposed to the mirror brass package shown in Fig. 1. The

(a) CAD drawing of the designed copper housing. (b) Inkjet-printed electrode printed upon an isolation layer on
the copper housing.

Fig. 4: Illustration of the design of the copper housing and the printed electrode.



inkjet-printing is done using a printer especially developed for research purposes, the PiXDRO LP50, Meyer Burger AG.
This printer provides a dual-head assembly equipped with two identical inkjet print-heads (SM-128 Spectra S-class, Fujifilm
Dimatix) with a dn = 50µm nozzle diameter and sd = 50pL calibrated drop size. The print-heads are capable of a maximal
resolution of resmax = 800 dpi.

-First an insulating layer is printed to cover the copper at the center of the housing. The insulating, low-k dielectric ink is
a mixture of acrylate-type monomers (Solsys EMD6200, SunChemical). The dielectric ink was jetted at a head temperature
of th = 50◦C again without substrate table heating. In case of the insulating ink, substrate table heating does not provide any
benefit, it rather destabilizes the printed layer: the insulating layer ablates under the influence of elevated temperatures. Then,
conductive ink is printed to produce the electrode structure, and a conductor path which leads to a drill hole in the upper right
corner, where the subsequent cable is to be connected.

The conductive ink is a nanoparticle silver (Ag) ink (Sycris I50DM-119, PV Nanocell) with 50 wt.% silver loading and
average particle size of sp = 120 nm (d90). The silver ink was jetted at room temperature without heating of the substrate
table. Drying the ink before photonic curing reduces the risk of outgassing. However, in this case, the silver ink is part of a
multilayer structure. It is printed onto insulating ink which is not tolerant against elevated temperatures. Thus, substrate table
heating is avoided. After each printing step, photonic curing using specially developed UV-curing equipment is done to finalize
the printed structures.

C. Interferometer Principle

A common way to manufacture an FTIR spectrometer is the Michelson interferometer setup. The Michelson two-beam
interferometer principle is not the only useful setup to build an interferometer. Other designs have been developed and proven
more appropriate for certain measurements. Nevertheless, the interferometer design as suggested by Michelson in the middle
of the 19th century still best illustrates the working principle. In such a setup, the spectrometer is composed of an IR-source

Fig. 5: Schematic illustration of the basic construction principle of a Michelson interferometer. The considered application in
this work is position measurement of the moving mirror which is marked by the circle.

as well as a moving and a fixed mirror. The beam of an infrared light source is split among the two resulting paths. These
two paths are of different length and consequently cause a phase shift of the electromagnetic vectors of the two light beams.
At the subsequent recombination of these beams, interference occurs. The resulting amplitude then depends on the phase
difference of the two beams. The light incident at the detector is then determined as a function of the path difference. In
Fig. 5 the device is schematically illustrated: First, the collimating mirror collects and parellelizes the rays of the infrared
light. Then, the beamsplitter, at the center of the apparatus, equally splits the incident light between the reference path (fixed
mirror) and a path containing a mirror which moves perpendicular to the plane of incident light. The beams are reflected at
the fixed and moving mirror surfaces and return to the beamsplitter. At the beamsplitter, both light beams interfere, yielding
different intensities over all contained wavelength depending on the different pathlength travelled. Due to sample attributes at
the molecular level, certain wavelength are absorbed more than others. The interaction of the resulting beam with the sample
then holds the spectral information which is collected at the detector. After processing and Fourier transforming the data, a
sample-characteristic spectrum can be seen.

One movement along the full possible pathlength the mirror can traverse, is called a scan. When the moving mirror is excited
at constant velocity, the device is called a continuous-scan interferometer. Which is in contrast to step-scan interferometers
which are equipped with stepwise moveable mirrors. Rapid-scan interferometers are a subclass of continuous-scan devices and
rely on mirrors moving at velocities of vm > 10 mm/s.



A characteristic property of such devices is the so-called mutliplex advantage [33]. It accounts for the fact that the SNR of
these devices can be increased by an increased number of scans N as SNR ∝ N

1
2 . Disadvantageous at the same time is the

increase of measurement time associated with this procedure.
Additional demands are: firstly, to add scans congruently, otherwise this results in a smeared result-spectrum; secondly,

to provide low noise in the measured position: this blurs peaks and could thus lead to miss-identification of substances.
Consequently, a concise knowledge of the mirror position during each scan is crucial.

D. Generation of an Interferogram

The determination of interferograms is based on interference of light, as mentioned previously. This may be best explained
based on a simplistic example: consider monochromatic radiation, i.e., a single wavelength light beam, such as emitted by a
laser. Let it be of wavelength λl: its wavenumber is then Wl = 1/λl. The intensity at Wl may be denoted by I(Wl). Now,
consider a continuous-scan interferometer which is, in the first place, at rest, when the both paths, the light travels, are of the
same length. In other words, the Optical Path Difference (OPD) or retardation δ at this point is zero: the instrument is at Zero
Path Difference (ZPD). The beams constructively interfere when recombined at the beamsplitter.

The maximum constructive interference is achieved at all path difference values where the positions of troughs and valleys
of the vector signals overlap, i.e., there is no phase shift φ(δ). This will be the case for all values where δ = nλ for any
integer n, i.e., the OPD is an integral number multiple of the wavelength [34]. Remark: The OPD is twice the difference

Fig. 6: Illustration of the mirror movement and respective geometrical displacement and beam retardation.

in geometrical pathlength d since the light travels back to the mirror, is reflected at the mirror surface and travels forth again
until reaching the beamsplitter (see Fig. 6).

On the other hand, the more the location of troughs and valleys of the two beams drift apart, the smaller the resulting
combined beam intensity becomes (see e.g. Fig. 7) until a minimum is reached at a phase shift of φ(δ) = 180 ◦ which occurs
at an OPD of δ = λ/2.

Commonly, the intensity is given as function of the retardation as

I(δ) =
I(Ws)

2

(
1 + cos

(
2π

δ

λs

))
(1)

where the letter s indicates the source quantities. The reading which holds the information is the dynamic component of the
intensity (corresponding to the fraction of Eq. 1 multiplied to the cosine). The interferogram for the previously suggested laser
source would thus read

I(δ) =
I(Wl)

2
cos(2πWlδ) (2)

To generally determine a proper interferogram, reflecting only sample properties, and not instrument characteristics, it is neces-
sary to introduce a function to compensate for instrument deficiencies. This function, in general, depends on the wavenumber.
Finally, the AC output voltage giving the interferogram can be given by

V (δ) = B(Ws)cos(2πWsδ) (3)

where B(Ws) is called the single-beam spectral intensity and is characteristic of the respective instrument.
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Fig. 7: Constructive interference at δ = λ/4. The resulting intensity is the sum of both beams’ intensities. Here, its maximum
is less than at ZPD.

Having elaborated the intensity as a function of the cosine of the wavenumber, we can motivate the naming of the considered
spectrometers, since V (δ) = F(B(Ws)) where F(·) denotes the Fourier Transform (FT) operator. The output signal is the
cosine Fourier Transform of the source single-beam intensity, mechanically performed through the mirror movement. The
absorption spectrum can thus be determined based on an inverse Fourier Transform of the output signal.

-When the source emits light at more than one wavenumber, the resulting interferogram is the combination of the respective
sinusoids. While the interferogram in these cases is still sinusoidal, it exhibits an exponentially decaying amplitude, and the
broader the source spectrum is, the smaller is the envelope of the resulting interferogram. For the transition to a continuous
source, the interferogram is determined by the integral

V (δ) =

∞∫
−∞

B(Ws)cos(2πWsδ)dWs (4)

and the intensity is then

B(Ws) =

∞∫
−∞

V (δ)cos(2πWsδ)dδ (5)

Obviously (since mathematically, this is an integration over δ), the resolution of the respective spectrometer can be increased
by increasing the achievable retardation. In theory, infinite resolution is thus possible (although for infinite retardation).

E. Consequences of Finite Retardation and Sensor Inaccuracy

Clearly, infinite retardation is not realizable physically and common spectrometers have a limited wavenumber resolution
which is determined by [35]

resW =
1

δmax
(6)

In terms of the Fourier Transform this is equivalent to multiplying the true interferogram to a window function which truncates
the reading to leave only values in the region −δmax < δ < δmax. Such a truncation function T (δ) may be termed a boxcar
truncation function. Thus, the intensity becomes

B(Ws) =

∞∫
−∞

V (δ)T (δ)cos(2πWsδ)dδ (7)
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(a) Spectrum of monochromatic light at wavenumber Ws.
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(b) Interferogram of the monochromatic light at Ws as a result
of the convolution with the instrument line shape function.

Fig. 8: Spectrum and resulting interferogram for monochromatic light.

It is well-known that multiplication in the time-domain is equivalent to a convolution in the frequency domain. That is to say,
the resulting interferogram, mathematically is the convolution of the FT of the truncation function and the original spectrum.
While the FT of the output signal V (δ) is the true spectrum B(Ws), the FT of the truncation function is given by

F(T (δ)) = τ(Ws) = 2δmax
sin(2πWsδmax)

2πWsδmax
= 2δmaxsinc(2πWsδmax) (8)

The convolution in the frequency domain is given as

C(Ws) = B(Ws) ∗ τ(Ws) =

∞∫
−∞

B(ω)τ(Ws − ω)dω (9)

This function is called the Instrument Line Shape (ILS) function and is a characteristic of the respective instrument. The
spectrum of a single wavenumber light and its resulting interference reading is illustrated in Fig. 8. To evaluate the influence
of system variations on the resulting spectra, system simulations were done. A source, emitting homogenously with random
fluctuations between Wsstart

= 400 cm−1 and Wsend
= 4000 cm−1, and sample absorption peaks around Wa1 = 1200cm−1

and Wa2 = 2700cm−1 were generated. First, to evaluate the consequences of the achievable retardation of δMEMS = 1 mm
and deviations from that value. Second, to assess the influence of inaccuracies in the absolute position measurement. The results
for different retardations are given in Fig. 9a. The larger the retardation is, the more points are contained in the backtransformed
spectrum. Thus, also the wavenumber resolution is increased with increasing retardation.

Evaluations of the consequences of absolute sensor measurement accuracy are illustrated in Fig. 9b. These evaluations show
that the whole spectrum is compressed and the absorption peaks are moved along the wavenumber axis. It is thus important,
to keep such an error as small as possible. If the sensor system is subject to such an inaccuracy, this can be compensated
through calibration of the instrument using a known well-defined light source.

III. CAPACITIVE SENSING AND MEASUREMENT CIRCUITRY

A micro-manufactured capacitive sensor is developed as multilayer structure at d0 = 1 mm below the mirror plate. This design
comes with the advantage of being slim and readily integrable while providing for high resolution measurement capabilities
(compare [36], [37]).

Capacitive sensors can be designed to work in either single-ended or differential mode. In both modes, the change in
capacitance between conductive surfaces (electrodes), at different electric potentials, is measured. Applying a voltage at one
electrode, consequently called transmitter, and measuring the resulting displacement current in a second electrode, i.e. the
receiver, is termed differential mode. In a single-ended design, the displacement current at the transmitter is determined.
Measurements in single-ended mode are possible to the open environment or distant ground.



(a) Simulation results for four different retardations: δ = 0.4−1mm. (b) Simulation results for consequences of error in absolute mea-
surement accuracy of the sensor.

Fig. 9: Illustration of consequences of system deficiencies.

In the target design, the bottom electrode is used as transmitter while the mirror incorporates the receiver. The electrode
together with the mirror, are then assumed to form a structure resembling a parallel plate capacitor. In a simplifying approach,
this can be approximated by the following model

C =
ε0εrAr
d

(10)

In Eq. 10, C is the capacitance in farads, Ar the active plate area in square meters, ε0 the dielectric constant of vacuum, εr the
relative dielectric constant of the material between the plates and d the plate spacing in meters. We consider an inkjet-printed
sensor front-end employing single-ended, or self-capacitance measurement mode [38] which offers, in this case, better SNR
than a differential system. Eq. 10 presents a simplistic approach, mainly usable to aid a basic understanding of the system.
Accurate FEM simulations (compare also [39]) are set up to consider all effective influences (e.g. fringing fields etc.). In
Fig. 10a, a simplified simulation setup is shown: The electrostatic field evolution is illustrated as coloured tubes emanating
from the sensing electrode surface (red) and terminating at the mirror plane (blue). In Fig. 10b, the relationship of capacitance
over time is illustrated: The label indicates the capacitance at the mirror rest position. The mirror movement is implemented by
a moving mesh feature. The movement of the geometry is known, so the displacement of the mesh can be calculated at every
time step using e.g. a Laplace smoothing approach. For the Laplace smoothing, it is necessary to solve the partial differential
equation

∂2x

∂X2
+
∂2y

∂Y 2
+
∂2z

∂Z2
= 0 (11)

The lowercase letters are deformed mesh positions and uppercase letters describe the undeformed positions [40]. After the
mesh deformation is determined, the electrostatics are computed by solving Gauss law

∇D = ρV (12)

where the electric displacement field is

D = ε0E (13)

and ρV is the space charge density.
In the proposed carrier frequency system (compare [41], Fig. 11), the measurement capacitance is one component of a

voltage divider with the second component being a Rs = 50 Ω (R23 in Fig. 11) shunt resistor, which matches the impedance
to the subsequent coaxial cable that connects to the downstream analog amplifier chain. This so-called power matching is
done, to assure that all of the signal energy is transferred to the receiver. Without proper matching circuitry, the energy will
be reflected on the transmission line.



(a) Simplified illustration of the FEM simulation setup for the
capacitive position sensor. Axes are in mm.
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Fig. 10: Illustration of simulation setup and achievable capacitance change.
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Fig. 11: Schematic illustration of the implemented setup, C34 is the capacitance of interest with a starting value of the sensor
base capacitance Cb and Rs = 50 Ω is the measurement shunt. R24 and C35 are parasitic parallel impedance and capacitance
of the sensor to ground. C36 is the parasitic capacitance of the cable.

IV. ANALOG DESIGN AND HARDWARE

Commercially available hardware is not satisfying in terms of bandwidth and/or resolution. The suggested system therefore
is comprised of an analog chain, attached as daughterboard to an FPGA.

The FPGA architecture is developed in distinct blocks, which are online configurable (after build) from a host, using a
graphical interface. The architecture also provides the possibility to integrate customized hardware blocks in the FPGA image
as well as software blocks in the open source host code.

The interface between analog and digital circuitry is realized through high speed, programmable gain ADCs providing a
sample rate of up to sr = 180 MHz with a maximum of resADC = 14 bit resolution. The sample rate and internal gain of
these ADCs are not fixed, but can be chosen through the FPGA which is part of the provided flexibility of the presented
system. A block diagram of the structure is provided in Fig. 12.

Fig. 12: Block diagram of the analog signal processing chain up to the high-speed ADCs.



The ADCs accept a differential signal of vinpp
= 2 V (where the subscript pp means peak-to-peak). To provide a well-

conditioned signal to the ADCs, a specific amplifier chain (see Fig. 13) has been designed, realized as multistage structure
of Low Noise Amplifiers (LNAs) with a device characteristic noise of un = 1 nV/

√
Hz. The first LNA stage has lower gain

(≈ 10) than the second one (≈ 40). The relative noise contribution of the amplifier is more significant in the first stage,
where the signal is smaller than in the second stage. Still, both amplifiers contribute to the overall noise and are considered
in the design. To provide a suitable signal to the ADC, a signal reference conversion from single-ended to differential is
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Fig. 13: Low-noise amplifier chain as implemented for signal conditioning. The feedback capacitors C2 and C3 are implemented
to reduce peaking in the small signal frequency response. R7 and R8 together with the feedback resistors (parallel to C2 and
C3) determine the gain. C22 and R14 as well as C21 and R4 are used to block low frequencies as well as DC errors in the
amplifier outputs. R2 and C1 and R31 and C42 are used for impedance matching of the connected stages. Other capacitors in
the circuitry are implemented for voltage stabilization.

realized, using a differential amplifier circuit (see Fig. 14). Usually, such systems operate at high carrier frequencies, (e.g.,
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Fig. 14: Differential amplifier circuitry as realized to interface to the ADC. R17 and R18 together with R19 and R20 are used to
set the gain of the amplifier. Through R21 and C6 and R22 and C9 a differential filter structure is realized to suit the switched
capacitor inputs of the subsequent ADC.

fc = 10 kHz-1 MHz) and low measurement bandwidth (max. B = 6.25 kHz) [42]. In contrast, the designed analog circuitry



has to provide ultra low noise over the whole useful system bandwidth, i.e. up to B = 180 MHz. In order to provide a more
flexible signal conditioning, a programmable gain amplifier is also considered in the design.

V. SYSTEM ANALYSIS

In order to analyse the system capabilities in terms of uncertainty, it is necessary to determine basic noise figures inflicted
by the underlying electronics. Experimental characterization of the LNA chain (see Sec. VII) yield a spectral input referred
noise voltage of Un = 2.09 nV/

√
Hz at the measurement shunt. The sensor base capacitance is found from FEM simulations

to be Cb = 109.3 fF (C34 in Fig. 11). For further analyses, the capacitance equivalent noise Cn = 0.151 aF
√
Hz is necessary.

It can be found from

Cn =
Un
∂Uout

∂C

(14)

It is the ratio of the LNAs input referred noise voltage Un, and the system’s output voltage sensitivity to capacitance changes.
This sensitivity of the output voltage at the shunt resistor is

∂Uout
∂C

=
Uexc

8C2
b 2πfc(

1
Rs

+ 8πCpfc)(
1

1
Rs

+8πCpfc
+ 1

8Cbπfc
)2

(15)

Here, an expression for Uout can be found, using basic formulae for voltage divider circuits, as

Uout =
UexcZp

Zp + ( 1
j2πfcCb

)
(16)

The measurement system’s equivalent parallel impedance is

Zp =
1

1
Rs

+ j2πfcCp
(17)

with the parasitic parallel capacitance Cp = 100 pF included. These Equations are evaluated with a shunt resistor value
Rs = 50 Ω (R23 in Fig. 11), an AC excitation voltage Uexc = 1 V and carrier frequency fc = 20 MHz.

As shown in Sec. VII, the noise voltage at the ADC input is ∆Uineff
= 1.78 mV. The effective quantization noise voltage

of the ADC can be determined as [43]

∆Uqeff
=

Q√
12

(18)

where

Q =
Vp

2ENOB
=

1

211.4
(19)

where Vp is the peak voltage accepted at the ADC inputs and ENOB the effective number of bits as given in the datasheet.
We can find ∆Uqeff

= 0.106 mV. Compared to the noise inflictions given by the amplifier chain and related devices, the
quantization noise of the ADCs is here then ≈ 6% of the integrated thermal noise and is thus not further considered.

We suggest the use of a calibration procedure to cope with variations in the base capacitance, uncertainties originating from
topology deviations may then be neglected.

A. Sensor Model

In a first approach to a suitable semi-analytic model for the capacitive position sensor, a polynomial model is fitted to data
from Finite Element Method (FEM) simulations. This is a commonly used process and well-documented in literature [16],
[17].

We presume the behaviour of the measured signal (capacitance) C(dm) with dm the parameter of interest, i.e. the mirror
position or distance, to be analytically describable as (compare Eq. 10)

C(dm) =
ε0εrAr
dm

(20)

with the mirror position

dm = d0 +Amcos(2πfmt+ φm) (21)

Here, d0 = 1 mm is the initial or rest position, Am = 0.5 mm the absolute maximal displacement or amplitude, fm = 500 Hz
the mirror resonance frequency and φm the mirror phase.



While the analytic description, as given above, is a simplistic version of the true system behaviour, simulation data provides
an improved description. Hence, an analytic expression for this data is sought, based on which further resolution capability
analyses of the considered system are possible. With respect to the given preconditions, it is a viable procedure to employ
a Least Squares Estimator (LSE) (compare e.g. [44]). The resulting semi-analytic description (metamodel) of the simulation
data is then used to quantify necessary conditions on the system bandwidth, noise and hardware parameters to provide the
necessary position resolution (see also [45])).

B. CRLB Analysis

In Eq. 21, three parameters, i.e. phase φm, amplitude Am and the frequency component fm are supposed to be subject to
environmental influences and thus time-varying. Under these assumptions, we can find the CRLB, i.e. the lower bound on the
variance, for the parameters with respect to a chosen carrier frequency and bandwidth. The CRLB for a signal s(θ) dependent
on the parameter of interest θ embedded in AWGN is a special case of the general CRLB, and can be found from [44]

CRLB =
σ2(

∂s(θ)
∂θ

)2 =
σ2(

∂C(d)
∂d

)2 (22)

The rightmost term is then the formulation adapted to our case. Analysing uncertainty evolution over bandwidth (Tab. III), we

TABLE III: Uncertainties for a parametric system description.

Parameter Uncertainty Unit
amplitude 13·73 nm
phase 1·1e−4 rad
offset 4·034e−5 nm
frequency 11·62 Hz

see that employing a parametric description, already yields a theoretical lower bound of the uncertainty of, e.g., CRLBA <
14 nm for the amplitude. Here, we rely on the fact that the estimator output sample rate, i.e. the rate at which the mirror
position measurements are given, is fixed. Increasing the sample rate at the input thus does not affect the CRLB. The CRLB
remains fixed since, although the increased bandwidth causes an increased noise figure, averaging can be done using the input
samples taken in excess.

A direct measurement setup demands for intractable restrictions on the bandwidth, as we showed in [46]. We consequently
suggest to employ a parameterized system model, exploiting prior knowledge. This enables us to adopt measurement strategies
allowing for higher considered bandwidths. To realize such a strategy, we apply statistical methods, i.e. an EKF, which, in
essence, is a Bayesian approach to signal reconstruction. The developed LSE is then used in the EKF to estimate the mirror
position.

VI. DIGITAL SIGNAL PROCESSING

The suggested FPGA-based hardware platform [31] enables higher sampling rates through employment of high-speed ADCs
and intelligent signal processing. The underlying FPGA hardware- as well as host software-design is realized through blocks.
FPGA-design is also called hardware-design since, usually, the programmed structure and behaviours are hardwired, i.e. realized
in hardware and can not be changed after build. The speciality of the presented platform is now its flexibility: In the suggested
system, the blocks realized in the FPGA can be parametrized at runtime. These blocks are individually adaptable and thus
enable various system configurations without suffering from long compile times. Additionally, also the block connections are
reconfigurable without the necessity to rebuild the image. It is thus possible to integrate and wire customized blocks in hardware
(on the FPGA) as well as software (on the host computer). In Fig. 15 the necessary blocks for the basic sensor evaluation
procedure are depicted. The first block on the left configures the receiver hardware (the designed analog front-end) of the
FPGA. The following two blocks are necessary for Digital Down Conversion (DDC) and demodulation. Demodulation is done
through the Digital Signal Processor (DSP) chains available on the FPGA using a CORDIC algorithm [47]. The receive and
both DDC blocks are executed on the FPGA. The following block (Copy) is used to transfer the same data to two sinks which
are run on the host computer. The upper Time Sink is used to show the time domain signal. The lower Frequency Sink gives
an FFT of the received and demodulated signal.



Fig. 15: Blockdiagram as used for sensor evaluation.

VII. RESULTS

In the following, experimental evaluations of the hardware are presented. The result plots in the first two Subsec.s are given
as originally retrieved on the considered measurement platform in order to illustrate also its visualization capabilities.

A. Hardware Noise Determination

To determine signal limitations of the analog design, we saturate the input amplifier chain to output the maximum value
using a signal frequency of fsig = 1 MHz. A Fast Fourier Transform (FFT) plot is given in Fig. 16a. Obviously, there are
no disturbing harmonics yet when the analog chain is close to saturation. In Fig. 16b the respective time domain signal with
maximum achievable amplitude is illustrated: The operation of the amplifier chain close to saturation leads to ripples at the
upper and lower maximum of the sine curve. The signal is scaled to lie between Vscale = ±0.5 V when transferred from the
analog to the digital domain, the indicated achieved value of Vmax = 0.4995 V is thus close to the physical upper limit of the
circuitry.

(a) FFT of an input signal with frequency fsig = 1MHz (as
indicated by the label).

(b) Time domain signal with frequency fsig = 1MHz and
maximum achievable amplitude (as indicated by the label).

Fig. 16: Visualization of FFT and time domain signals.

The noise evaluation is done for a sinusoidal input signal of Uinpp
= 276 mVpp or equivalently Uineff

= 95 mVeff and a
frequency of fin = 1 MHz. A useful signal bandwidth of B = 5 MHz is considered. The bandwidth-limitation is done for an
upper corner frequency fcu ≈ 5.1 MHz by a high order digital filter, and for a lower corner frequency of fcl ≈ 10 kHz by the
analog setup.

Comparing measurements of the voltage at the input and its digitized equivalent, the input-output relationship going from
analog to digital domain can be found: a voltage of uin = 1 mV is mapped to a value of uindig

= 0.001 29 in the digital
domain.

Subsequently, a vector of the input signal uindig
is recorded and subjected to an FFT. The useful signal (peak) in the FFT

data is removed, to leave only noise in the spectrum. The resulting spectrum is then back-transformed (inverse FFT), yielding
the noise voltage unout

= 0.0023, integrated over the used bandwidth B = 5 MHz. This is equivalent to a change in the
effective input voltage of ∆Uineff

= 1.78 mV. To determine the noise figure Referred To the Input (RTI) unRTI
in terms of

nV/
√

Hz, it is necessary to divide unout
by the circuit gain G = 380 and

√
B. Finally, a value of unRTI

= 2.09 nV/
√

Hz
can be found, which is in good accordance with the value of unsim

= 1.75 nV/
√

Hz as was found in the simulation.



B. Sensor Evaluation Setup

Fig. 17: Measurement setup using a signal generator (top left) providing the amplitude modulated signal and an oscilloscope
(right) to validate the signal received by the FPGA platform (front).

When a sensor is connected to the carrier frequency setup as presented in Subsec. III, its measurement signal will be imposed
on a carrier frequency by Amplitude Modulation (AM). The respective carrier frequency is, in general, free to choose, but
depends on the environment in which the measurement takes place, type of sensor (e.g., capacitive or inductive) and required
sampling rate.

To demonstrate the measurement capabilities of the presented system, the micromirror position measurement is considered.
The measurement setup is illustrated in Fig. 17: A signal generator is used to provide the amplitude modulated signal. A signal
with frequency fs = 500 Hz is imposed on a carrier frequency of fc = 20 MHz. To assure proper operation of the signal
generator, the AM signal is also coupled to an oscilloscope. On the FPGA measurement platform, the blockdiagram as given
in Fig. 15 is run and the result as seen on the host computer is illustrated in Fig. 18. The upper graph of Fig. 18 illustrates
the demodulated time domain signal with a frequency of fs = 500 Hz, or equivalently, a period length of tp = 2 ms. Below
the time domain signal, an FFT plot is shown. In this plot, a peak at the carrier (at fmid = 0 MHz) can be seen. Since the
FFT produces a symmetric spectrum, two peaks of the AM signal can be seen at fs+ = 500 Hz as well as fs− = −500 Hz.

Fig. 18: Time domain signal with frequency fsig = 500 MHz in the upper graph and FFT of the received signal in the lower
graph.



C. Frequency Plot

In order to determine the broadband suitability of the designed hardware, the frequency plot was determined over the whole
frequency range of interest, going from fmin ≈ 10 kHz to fmax ≈ 100 MHz. These measurements are done using a signal
generator connected to the analog front-end. A frequency sweep signal is issued and the resulting output signal of the hardware
is observed using a high resolution and high bandwidth oscilloscope. The cabling and connector influence was removed using
a proper calibration procedure. The used oscilloscope input has lower bandwidth than the characterized hardware: Thus, the
resolution bandwidth of the oscilloscope had to be adapted. The lower corner frequency is determined by the analog filter
in the hardware design whereas the upper corner frequency is due to the frequency specifications of the used amplifiers and
layout. The determined frequency range, this hardware is suitable for, is thus in good accordance with the requirements and
specifications presented in Tab.I in Subsec.I-A at the beginning of this work.
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Fig. 19: Frequency plot illustrating gain versus frequency for the designed analog front-end.

VIII. CONCLUSION

In this work, design and implementation considerations for a sensor evaluation platform to be applied to a MEMS mirror
system are presented. The considered hardware platform is introduced as consisting of an analog circuitry together with an
FPGA and flexible signal processing software. The system is discussed giving details on the target MEMS mirror as well as
an illustration of the 3D-printed copper housing and details on the inkjet-printing process to fabricate the capacitive sensor
electrodes. Then, discussion of the interferometer principle, the generation of interferograms and effects of finite retardation
and deficiencies in the sensor absolute accuracy are given. To illustrate the effects of such system deficiencies, simulations
considering an IR broadband source with Ws = 400− 4000 cm−1 and two assumed sample absorption peaks are developed.
The simulations are based on a mathematical description of the interferogram and its inverse FFT, yielding a result spectrum as
the system output. Then, the FEM simulation setup and results for the nonlinear capacitance reading are detailed. Subsequently,
the analog circuitry is presented based on detailed schematics of the carrier frequency input, the low noise amplifier chain
and the differential amplifier as input to the ADCs. In the following, noise considerations are given for the developed system.
Afterwards, digital signal processing to implement a demodulation scheme, applied to the micromirror position measurement,
is illustrated. Noise evaluation measurement results, based on a measurement setup resembling the micromirror application,
indicate that the designed analog front-end is suitable as low noise input circuitry. Demodulation measurements demonstrate
the platform suitability for high resolution and high speed measurements using the suggested carrier frequency setup. It is
shown that, with this system, a position resolution of respos = 50 nm is possible at high bandwidths above B = 10MHz.
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